
ARTICLE IN PRESS

Microelectronics Journal 40 (2009) 897–904
Contents lists available at ScienceDirect
Microelectronics Journal
0026-26

doi:10.1

� Corr

E-m
journal homepage: www.elsevier.com/locate/mejo
Ultra wideband, low-power, 3–5.6 GHz, CMOS voltage-controlled oscillator
Athanasios Tsitouras a, Fotis Plessas b,�

a Department of Electrical and Computer Engineering, University of Patras, Patra, Greece
b Department of Computer & Communication Engineering, University of Thessaly, Greece
a r t i c l e i n f o

Article history:

Received 13 September 2008

Received in revised form

19 January 2009

Accepted 21 January 2009
Available online 17 March 2009

Keywords:

Ultra wideband

Ultra wideband FM (UWBFM) transmitter

Low-power

Phase-noise

Relaxation oscillator

Current control oscillator (CCO)

Frequency doubling techniques
92/$ - see front matter & 2009 Elsevier Ltd. A

016/j.mejo.2009.01.009

esponding author. +Tel.: 30 6937 072632; fax

ail address: plessas@ee.upatras.gr (F. Plessas).
a b s t r a c t

In this paper, a low-power inductorless ultra wideband (UWB) CMOS voltage-controlled oscillator is

designed in TSMC 0.18mm CMOS technology as a part of a ultra wideband FM (UWBFM) transmitter. The

VCO includes a current-controlled oscillator (CCO) which generates output frequencies between 1.5 and

2.8 GHz and a voltage-to-current (V-to-I) converter. A low-power frequency doubler based on a Gilbert

cell, which operates in weak inversion, doubles the VCO tuning range achieving oscillation frequencies

between 3 and 5.6 GHz. Thus, the well-known proportionality between the oscillation frequency and the

bias tuning current in CCOs is avoided for the entire achieved tuning range, resulting in a lower power

design. The employed architecture provides high suppression, over 45 dB, of the 1st and 3rd harmonics,

while enabling high-frequency operation and conversion gain due to the unbalanced structure and the

single-ended output. The current consumption is 5 mA at a supply voltage of 1.8 V. The VCO exhibits a

phase noise of �80.56 dBc/Hz at 1 MHz frequency offset from the carrier and a very high ratio of tuning

range (60.4%) over power consumption equal to 8.26 dB which is essential for a UWBFM transmitter.

& 2009 Elsevier Ltd. All rights reserved.
1. Introduction

The great potential of a ultra wideband (UWB) radio lies in the
fact that it is able of co-existing with the available licensed
spectrum users and can still pave the way for various wireless
applications with short range, high data rate [1].

However, the need for wide bandwidth complicates the circuit
implementation of major RF blocks such as the transmit/receive
switch, the power amplifier (PA), the low-noise amplifier (LNA),
the wide tuning range VCO’s and mixers in a UWB radio. CMOS
technology is the preferable solution compared with other
expensive technologies (SiGe, GaAs) towards a single-chip,
low-cost transceiver realization. However, some inherent limita-
tions of CMOS (low gain, low breakdown voltage, poor passive
components, lack of accurate models, etc.) makes CMOS RFIC’s
design at such high frequencies and such a wide bandwidth a
challenging task.

In [2] a novel ultra wideband FM (UWBFM) communication
system was presented, promising lower complexity and power
consumption when compared to the well-known UWB impulse
radio system. The transmitter consists of a wideband VCO which is
FM modulated (high modulating index bFM) by the output signal
m(t) of a subcarrier VCO. The latter is FM modulated, with low
modulating index bFM, by a low data rate signal as it is shown in
ll rights reserved.

: 30 2610 911576.
Fig. 1b. This constant-envelope double frequency modulation
technique enables the spread of the transmitted signal and multi-
user operation. Phase noise performance is not so critical for a
UWBFM system due to the noncoherent detection scheme of the
receiver, thus it can be relaxed for lower power consumption; a
maximum value of �70 dBc/Hz at 1 MHz offset was deemed
satisfactory [2]. Aiming at the implementation of ultra wideband
VCO circuits, the prime objective of this work is to develop an
inductorless VCO scheme of very low power consumption, high
gain, wide range and simple structure that could form the main
block of a UWBFM transmitter. Current-controlled oscillators
(CCOs) are widely used in such architectures where variable bias
currents are needed to modulate the frequency. Consequently, the
maximum power consumption is determined by the maximum
desired frequency.

In this paper, we propose an ultra wideband, low-power,
3–5.6 GHz CMOS VCO, as shown in Fig. 1a. This VCO is designed
and implemented in TSMC 0.18mm CMOS technology. It includes a
relaxation-type current-controlled oscillator which generates
output frequencies between 1.5 and 2.8 GHz and a voltage-to-
current (V-to-I) converter. A low-power frequency doubler based
on a Gilbert cell operating in weak inversion, doubles the VCO
tuning range, thus achieving oscillation frequencies between 3
and 5.6 GHz. As a result, the entire 3.1–5 GHz band is covered. The
proportionality between the oscillation frequency and the tuning
bias current which holds in CCOs is avoided in this case for the
entire frequency range of interest, resulting in low power
consumption since the CCO tuning range is doubled whereas the
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Fig. 2. Basic source-coupled multivibrator/CCO.
Fig. 1. (a) The proposed designed system and (b) the complete UWBFM

transmitter.
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maximum CCO tail current is not increased by a factor of two but
remains the same instead. The only disadvantage is the power
consumption of the frequency doubler, which, in our case, is very
low. Furthermore, the unbalanced structure of the doubler enables
high-frequency operation and conversion gain. A single-ended
output is used to combine high-frequency performance with
adequate conversion gain. We present an analysis demonstrating
that in weak inversion as this imbalance increases the conversion
gain of the frequency doubler increases as well. Finally, a
wideband output open-drain buffer capable of driving 50O is
employed. Such a VCO is suitable for UWBFM applications [2],
since it is optimized for very high tuning range over low power
consumption ratio and fulfills the phase noise and the output
voltage variation requirement.

This paper is organized as follows. In Section 2 we discuss in
great extent the selection of the specified VCO topology, the
low-power frequency doubler and the output buffer. Simulation
results are also given. In Section 3 we describe the overall
implementation together with post layout simulation results
followed by a comparison with previously published work. Finally,
we provide our conclusions in Section 4.
2. Circuit design

2.1. Source-coupled multivibrator as a relaxation CCO/VCO

Source-coupled multivibrators and ring oscillators are both
suitable architectures for achieving wide tuning range, however
the former exhibit more stable performance over temperature and
process variations. Consequently, source-coupled multivibrators
allow robust circuit design.

The oscillation frequency of the classical source-coupled
multivibrator (Fig. 2) is given by

f ¼
ICAP

2DVC;pk�pkC
¼

ICAP

4VGS;ONC
; ICAP ¼ I0 (1)

The diode-connected transistors in Fig. 2 serve as CCO/VCO
loads and as output voltage limiters. As it can be seen from (1), the
oscillator in Fig. 2 can be transformed to a CCO only when the
output voltage is kept constant and the tail currents vary.
However, diode-connected transistors, in submicron technologies,
cannot serve as good voltage limiters due to the fact that square
law is not valid anymore. In Eq. (1) it is assumed that the current
through the capacitor is constant during the full oscillation period.
This assumption leads to errors in the frequency estimation of a
relaxation current control oscillator as it is discussed in [3] and
proved in [4,5]. Eq. (1) reveals that the source-coupled multi-
vibrator can be used as a CCO/VCO with wide tuning range in case
that the current consumption is adequate. In [6] this oscillator
topology is designed at 5 GHz and the tail current is equal to 3 mA
for each current source of the CCO core. The need for lower power
design can be fulfilled if the proportionality between the tail
current and the oscillation frequency is violated. This can be
achieved when a low-power frequency doubler is used.

The proposed relaxation-type VCO is depicted in Fig. 3. The
well-known replica biasing technique [7,8] is used to keep the
output voltage constant when the VCO core bias current and thus
the oscillation frequency varies. A different method for keeping
the output voltage of the CCO/VCO constant is to use additional
compensation current sources [9–12]. Although other configura-
tions of the source-coupled multivibrator were used in the past to
increase the maximum oscillation frequency while maintaining
the same current consumption by using an additional MOSFET
switching pair [7,10–13], in our case only one switching pair is
used due to the limited available headroom.

The load of this source-coupled multivibrator is formed by
MP1 and MP2 which are biased in the linear region. Each one of
these PMOS devices forms a bias-dependent resistance. By
changing their gate bias voltage this resistance varies. The
RSD resistance of the PMOS device should be kept low for high-
frequency VCO design. By increasing the gate width to reduce
RSD the gate-source capacitance and the gate-drain capacitance
(linear region) of the PMOS is increased. This slows down the VCO
speed, thus a compromise should be made. The basic condition for
this circuit to work as a CCO/VCO is that its output voltage should
be kept constant. This condition is satisfied by the replica biasing
circuit (OpAmp, MP3, M3, M7). The devices MP3, M3 and M7 are
scaled down (by a factor of two) compared to the MP1, M1 and M8
so that the power consumption is reduced. The VCO frequency is
controlled by changing the tail bias current of the current sources
M8 and M9 (and M7 as well). This is accomplished by the current
mirror MP4 and M6. MP4 is biased in linear region and serves as a
bias-dependent resistance which is controlled by Vcontrol. The
devices M4 and M5 serve as common-drain buffers and they are
used to drive the frequency doubler.
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Fig. 3. A relaxation-type VCO using the replica biasing technique.
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Fig. 4. Phase noise of the VCO simulated at 2 GHz versus frequency offset.
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The width of transistors M1, M2 and MP1, MP2 of this
relaxation VCO is set to 25 and 15mm, respectively, while their
length is kept minimum. The tail current sources of the VCO and
the control circuit devices are the major noise contributors in this
design. These transistors sizes are increased to limit their thermal
and flicker noise. This results in improved phase noise perfor-
mance. The VCO’s maximum current consumption is 4 mA
including both the output voltage control mechanism and the
frequency control circuitry. The bias current provided by M8 and
M9 are 1.05 and 0.61 mA at the maximum and minimum
oscillation frequency, respectively. The floating capacitance C is
fixed at 300 fF which is much higher than the intrinsic
capacitances of the VCO core MOSFETS.

Transient simulation showed that at the maximum and
minimum achievable oscillation frequency (2.8 and 1.34 GHz) a
small output voltage modulation of about 71.2 dB exists as the
frequency changes. This can be explained by the fact that at FMAX

(2.84 GHz) the M1, M2 switching behavior worsens slightly. The
current of the VCO core (left or right branch) at 2.8 GHz switches
between 1.9 and 0.2 mA and at 1.46 GHz switches between
1.16 mA and 43mA. The switching behavior is fairly good over
the entire tuning range of 1.34 GHz which ensures that current is
efficiently used to tune this VCO.

In Fig. 4 the VCO phase noise at 2 GHz (Vcontrol equals 140 mV)
is simulated versus the frequency offset. At an offset frequency of
1 MHz it is equal to �86.6 dBc/Hz. The above phase noise result is
taken after the addition of the external RC filter (Fig. 3) at the
gates of MP1 and MP2. Its purpose is to filter out most of
the output noise (thermal and flicker) of the operational
amplifier which is up-converted at the oscillation frequency
band. In Fig. 5 the PSS simulation result for the oscillation
frequency versus the tuning voltage is shown for the (a) 1st
and (b) 2nd harmonic component of the source-coupled multi-
vibrator/VCO. For a control voltage of �78 mV the VCO oscillates
at 2.5 GHz, for 300 mV it oscillates at 1.5 GHz and at �320 mV the
oscillation frequency is 2.8 GHz. The VCO sensitivity is equal to
2 GHz/V.
2.2. Frequency doubler selected topology

A MOS transistor operates in weak inversion when the gate-
source voltage is below the threshold voltage VT, thus the effective
gate-source voltage has a negative value. In this region, the total
drain current is given by Eq. (2) and the transconductance by
Eq. (3) [14]. The latter shows that MOSFET in this regime behaves
similarly to a bipolar transistor, thus it achieves higher transcon-
ductance. This enables low-voltage and low-current MOSFET
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operation which makes this regime favorable for low-power
circuit design.

iD ¼ IS exp
vGS � VT

nVt

� �
(2)

gm ¼
ID;bias

nVt
(3)

IS ¼ 2nmnCoxV2
t

W

L
(4)

where IS is the specific current, Vt is the thermal voltage (25 mV at
room temperature), VT is the MOSFET threshold voltage, vGS is the
total gate-source voltage (DC and AC), n is the weak inversion
slope factor, gm is the transconductance and ID,bias is the drain bias
current.

The analysis of an unbalanced Gilbert cell in the case of bipolar
devices is given in [15–17], where a differential output is
employed and it was proved that the differential output is free
of the 1st and 3rd harmonic component. In [16], this principle
is applied for a bipolar four-quadrant analog quarter-square
multiplier and in [17], for a frequency mixer with a frequency
doubler. MOS pseudologarithmic half-wave and full-wave recti-
fiers are designed in [15] based on the same principle. In [18,19]
the circuit shown in Fig. 6 is studied for both differential and
single-ended output cases where M1–M4 MOSFET devices are
biased in the saturation regime and a measured output bandwidth
of 4 GHz (from 1 to 5 GHz) is achieved. To justify that 1st and 3rd
harmonic components are cancelled when M1–M4 are biased in
weak inversion regime for either single-ended or differential
output, we present the foregoing analysis. Moreover, the differ-
ential and single-ended conversion gain is calculated. To our best
knowledge, such an analysis has not been reported in the past.

For an unbalanced common-source differential pair with
MOSFETS (M1, M2) operating in weak inversion, the difference
between the drain currents is given by Eq. (5) when it is biased
with a tail current I and an input differential voltage vd is applied.
Note that VK is a virtual voltage which expresses the M1 and
M2 widths difference in volts. Eq. (5) will be silently used in the
Fig. 6. Unbalanced Gilbert cell with MOSFETS in weak inversion regime.
foregoing analysis.

iD2
ð�KÞ
� iD1
ð�1Þ
¼ I tanh

vd þ VK

2nVt

� �
(5)

K ¼ exp
VK

nVt

� �
;

IS;2

IS;1
¼

W2

W1
¼ K (6)

The currents IL and IR shown in Fig. 6 are given by

IL ¼ iD;1 þ iD;3 (7a)

IR ¼ iD;2 þ iD;4 (7b)

The differential output voltage is given by

DVout ¼ RðiD;1 � iD;4Þ � RðiD;3 � iD;2Þ (8)

then,

DVout ffi IR
VK

nVt
�

V3
K

12V3
t n3
�

VK A2
d

8V3
t n3
�

VK A2
d

8V3
t n3

cos 2ot

 !
(9)

The differential conversion gain DCG is given by

DCG �
Ad;outj2o

Adjo
ffi

IRAd ln K

8V2
t n2

(10)

DCG is proportional to the bias current, the output load the
input signal amplitude and the lnK.

The drain currents of M1–M4 are given by

iD2
ð�1Þ
¼

I

1þ expðð�vd þ VK Þ=nVtÞ
(11a)

iD4
ð�1Þ
¼

I

1þ expððvd þ VK Þ=nVtÞ
(11b)

iD1
ð�KÞ
¼

I

1þ expðð�vd � VK Þ=nVtÞ
(11c)

iD3
ð�KÞ
¼

I

1þ expððvd � VK Þ=nVtÞ
(11d)

From (11b), (11c) and (11a), (11d), it can be seen that VK appears
to behave as a part of the small signal input voltage. Moreover,
when the unbalanced differential pairs formed by M1, M4 and M2,

M3 are considered, one can observe the following: in the first case,
at the left input of the circuit there is a small signal input equal to
(�vd�VK)/2 and at the right input there is a small input signal
equal to (vd+VK)/2. This means that an equivalent differential
small input signal exists equal to 8(vd+VK)/2. In the second case
same comments hold; however the differential signal is now
equal to 8(vd�VK)/2. Since the gates of M1, M2 and M3, M4 are
connected together, it can be assumed that either of these two
different differential input signals is applied at the two inputs of
the unbalanced Gilbert cell. The analysis continues assuming that
a differential signal equal to 8(vd+VK) is applied. Then,

iD2
ð�1Þ
þ iD4
ð�1Þ
¼ IDC;ð2;4Þ � exp �

vd þ VK

2Vt

� �
þ exp

vd þ VK

2Vt

� �� �
(12)

where

IDCð2;4Þ ¼ IS;2 exp
VGS � VT

nVt

� �
(13)

by setting

x ¼
vd þ VK

2Vt
;

vd þ VK

2Vt

����
����51 (14)

and using (13), (15) and (16)

expðxÞ ffi 1þ xþ
x2

2
; jxj51 (15)
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vdðtÞ þ VK ðtÞ ¼ ðAd þ VK Þ cos ot (16)

we derive (17) and (18)

iD2
ð�1Þ
þ iD4
ð�1Þ
¼ IDCð2;4Þ 2þ

Ad þ VK

2Vt

� �2

cos2 ot

 !
(17)

Vout ¼ iD2
ð�1Þ
þ iD4
ð�1Þ

 !
R ¼ 2IDCð2;4ÞRþ IDCð2;4ÞR

Ad þ VKð Þ
2

8V2
t n2

þ IDCð2;4ÞR
Ad þ VKð Þ

2

8V2
t n2

cos 2ot (18)

The single-ended conversion gain SECG is given by Eq. (19)
where it can be seen that as parameter K increases, SECG increases
as well.

SECG �
ASingle�ended; outj2o

Adjo

¼ IDCð2;4ÞR
Ad þ VK n ln Kð Þ

2

8V2
t n2Ad

(19)

For the frequency doubler circuit in Fig. 6 that it was used as an
analog square multiplier, the MOSFETS gate widths ratio K is set to
11.25. The gate width was set to 90 and 8mm for the large
transistors (M1, M3) and the small transistors (M2, M4),
respectively. The output load resistance is set to 1.5 kO. A
polysilicon resistance was used due to its very good high-
frequency performance. The MOSFETS M1, M4 and M2, M3 are
both biased by the current sources M5 and M6, respectively at
0.53 mA. The gate-source voltage of M1, M2 and M3, M4 equals
578 mV, whereas the threshold voltage in this case is 600 mV. This
implies that these MOSFETS are biased in the moderate inversion
regime. The length of M5 and M6 is increased as much as possible
(0.5mm) in order to limit their thermal and 1/f flicker noise [20].
Thermal and flicker noise components of the biasing current
sources of the frequency doubler will deteriorate the total phase
noise of the system oscillator-frequency doubler. This effect will
be added to the additional 6 dB increase of the phase noise of the
system due to the frequency doubling mechanism according to
the Leeson’s model [21].

In Fig. 7a, the single-ended conversion gain is depicted versus
the differential input signal frequency. It is equal to 0.735 V/V or
�2.67 dB at the input signal frequency of 2.5 GHz. In Fig. 7b, the
single-ended conversion gain versus the single input signal
frequency is given. The latter equals 1.47 V/V or 3.34 dB at
2.5 GHz. The input f3 dB equals to 3.26 GHz (or the output f3 dB,out

is 6.52 GHz) which satisfies the desired wideband behavior that
our VCO demands. Fig. 8 shows the single-ended output voltage in
dB versus the input signal frequency for different offset values of
(a) 0 mV, (b) 20 mV and (c) 100 mV. For an offset of 20 mV the
single-ended output voltage drops 0.17 dB and for an offset of
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Fig. 7. (a) Single-ended conversion gain versus the single input signal frequency

and (b) single-ended conversion gain versus the differential input signal frequency.
100 mV it drops 4 dB. For the simulations results presented above,
neither the input source impedance nor the loading effect at the
output of the frequency doubler were taken into account.

By taking the single-ended output of this circuit wideband
design can be enhanced. This happens because the single-ended
output (drain of M2, M4) is taken by the output node of the circuit
where the MOSFETs have small gate width (M2, M4) and
simultaneously the M1, M3 gate width increase results in the
increase of conversion gain (single-ended and differential) at low
input frequencies. On the other hand, if the differential output is
taken then due to the very large gate width of M1, M3 the f3 dB of
the circuit will be significantly decreased. When a single-ended
output is taken then the f3 dB of the circuit is only set by the gate
width of M2, M4. Consequently, the motivation here is to increase
the conversion gain at low frequencies without influencing or
limiting the wideband behavior (f3 dB).

These two design parameters become independent when a
single-ended output is taken. If the gate width of M1, M3 is
decreased (compared to their size in the final design) whereas M2,
M4 dimensions are kept constant, then a lower conversion gain
(differential and single-ended) at low input frequencies is
expected. In the case where the differential output is used then
the f3 dB of the circuit will be lower than before (in the final
design) due to the presence of M1, M3 (their gate width should
still be higher than that of M2, M4) at the output. Thus, the
differential conversion gain becomes comparable to the single-
ended conversion gain of the final design or even smaller. At lower
input frequencies (lower than 2.5 GHz) a differential output may
be used and the f3 dB of the circuit will be mostly limited by the
gate width of M1, M3 which is the largest. In this way, the
differential conversion gain is doubled at low frequencies. When
f3 dB fulfills the desired specifications then this design option
remains the best choice. The 4th harmonic component and higher
harmonics are present at the frequency doubler output. Yet this
does not cause a significant problem since this frequency band
(6–10 GHz) can be easily filtered out by the UWB antenna.
2.3. Output buffer topology

The output buffer (Fig. 9) consists of a wideband preamplifier
which drives an open-drain output cascode stage. The purpose of
the preamplifier is to drive with sufficient amplitude swing the
input of the output cascode stage up to the highest frequency of
interest which in our application is 5 GHz or higher. Its power
consumption will be determined by the required transconduc-
tance of the transistors for obtaining the desired bandwidth. It is
advantageous, for wideband amplifier design, to bias the transis-
tors at a current density near the region where the fT is
maximized. Moreover, by using small gate-width devices, the
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gate-source capacitance and the corresponding open time-
constants are reduced.

The preamplifier is formed by a cascode stage (M2, M3) which
is isolated from the input resistance RS by an input common-drain
amplifier (M1) and from the output capacitive load CL by an
output common-drain amplifier (M4). The output capacitive load
CL represents the gate-source capacitance of the output open-
drain cascode stage (M5, M6). In our system the output load of the
frequency doubler is in the range of kO and represents the input
resistance RS of the output preamplifier. The input common-drain
amplifier (M1) translates the high input resistance RS to a much
smaller one (the output resistance of M1). In this way the open
time-constant, which corresponds to the gate-source terminals of
the input transistor M2 of the cascode (M2, M3), is significantly
decreased. The output common-drain stage (M4) of the pream-
plifier translates the high load resistance RL of the preamplifier’s
cascode stage (M2, M3) to a much smaller resistance (the output
resistance of M4). This results to the decrease of the open time-
constant which corresponds to the capacitance CL of the
preamplifier. The resistance RL should be high enough since it
determines the voltage gain of the preamplifier. For these reasons
this circuit can meet the specifications of a wideband amplifier
design with high input resistance. The voltage gain of the cascode
stage of the preamplifier is decreased by the square of the voltage
gain of a common-drain amplifier, if transistors M1 and M4 are
biased at the same current. However, the current gain is
significantly increased due to the presence of M1 and M4. The
cascode configuration is used instead of a simple common-source
amplifier in order to eliminate the well-known Miller effect.
Similarly, the output stage of the buffer is chosen to be a cascode
amplifier as well.

For applying proper biasing conditions to devices M1–M6, two
DC block capacitors and bias resistors were used. The DC block
capacitors value was kept as low as possible (0.5 and 1 pF). Diode-
connected MOSFETS are used as simple voltage references. The
load resistance RL of M3 was set to 1 kO and the output pad
capacitance CP was set to 200 fF.

In order to increase the f3 dB of the output buffer, a shunt-
peaking inductor was used at the first cascode stage of M2–M3.
The previously mentioned voltage modulation at the VCO output
in Section 2.1 can be limited by the use of the shunt-peaking
inductor. Thus, an overshoot may be given to the buffer gain plot
at high frequencies, if the inductor value is high enough. In
simulations, a 6.03 nH spiral inductor of the TSMC kit library was
used. In the actual layout design this inductor is not included. A
bondwire (1 nH/mm) is used instead so that chip area remains
small. The f3 dB of the output buffer with the shunt-peaking
inductor is increased by 12.9%.

Furthermore, resistive feedback is applied at the preamplifier
(M1–M4) via RF (Fig. 9). The latter was set to 1.6 kO so that a
voltage gain of approximately 1 V/V can be achieved for the
preamplifier assuming that the source resistance RS is equal to
1.5 kO. A DC block capacitance CF (0.2 pF) is also used in series
with RF such that the feedback network does not draw DC current.
The effect of CF in the frequency range 3–5 GHz is small; the
magnitude of ZCF RF (the series combination of RF and CF) equals
1.621 and 1.607 kO at 3 and 5 GHz, respectively.

The simulated buffer output voltage under these conditions
(shunt-peaking inductor and resistive feedback) is shown in
Fig. 10 for an input voltage of 200 mV pk. The fact that the voltage
amplitude increases with frequency was intentionally made by
proper selection of RF, CF and L. As the output voltage amplitude of
the frequency doubler and of the VCO drops with frequency, the
buffer voltage gain over the desired frequency range increases.
This results in relatively constant amplitude of the buffer output
voltage when the two subsystems (VCO—frequency doubler and
output buffer) are connected together. The buffer voltage gain for
a source resistance of 1.5 K is equal to 1.092 V/V (0.768 dB) at
5 GHz and it is equal to 0.815 V/V (�1.776 dB) at 3 GHz. The
voltage amplitude at buffer’s output equals �15.75 dB (or 163 mV)
at 3 GHz and �13.21 dB (or 218.5 mV) at 5 GHz when a 200 mV pk
input voltage is applied.

Finally, it should be noted that the last stage of the output
buffer (M5, M6) is considered here as an open drain cascode stage.
Thus the 50O load represents the measurement instrument
characteristic impedance. If an RF chock inductor is available
(in case the chip is mounted on a PCB), then the instrument probe
or the antenna could be directly connected at the buffer output
through a DC block capacitor.
3. Implementation and system simulation results

The chip layout design is depicted in Fig. 11. The total chip area
is 0.7�1.1 mm2. The pads that were used for biasing purposes
occupy 80�80mm2 whereas the output pad, where the output
buffer is connected, occupies only 50�50mm2 so that its parasitic
capacitance is small enough. It should be noted that the output
buffer supply voltage is connected to a different pad (VDDPA) and
is isolated by the rest of the supply pads (VDD) of the circuit in
order to make easier the measurements procedure. Two more
pads (CAPEXT, INDEXT) are added for being able to connect the
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Table 1
Summary of schematic simulation results for the full system.

VCO–FD–buffer 1st harmonic 2nd harmonic 3rd harmonic

VOUT (dB) at f2nd ¼ 2.943 GHz �62 �14 (200 mV) �62

VOUT (dB) at f2nd ¼ 5.016 GHz �63 �15.38 (170 mV) �74.8
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Fig. 12. Simulated system output voltage spectrum, 2nd harmonic component

frequency is (a) 2.943 GHz and (b) 5.016 GHz.

Fig. 11. Final layout design of the proposed system (VCO using the replica biasing

technique, frequency doubler, output buffer and operational amplifier).
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external capacitance to the VCO (for improving phase noise
performance) and the bondwire (length: 6 mm, L: 6 nH) to the
drain of the intermediate cascode stage of the output buffer. Apart
from the pad which is used for the VCO tuning (VTUNE), one more
pad (ITUNE) is connected to the gate of the tail biasing current
sources of the VCO. This allows the VCO to be tuned by a current
source.

Large diodes (70�70mm2) are used for ESD protection of
MOSFET gate nodes which are connected outside the IC. The VCO
floating capacitance (MIM, 300 fF) was divided into two halves.
These two half capacitors were cross-coupled for minimizing the
effects of oxide gradients on capacitor matching and for providing
protection against stress and thermal gradients.

For the supply decoupling, a six-metal layer capacitor
(273�229mm2) with 8 fingers in total was designed and con-
nected in series to a metal resistance of 2O. The total decoupling
capacitance value is 8.14 pF.

The performance of the full system is summarized in Table 1.
The simulated system output voltage spectrum is depicted in
Fig. 12. It can be seen that the 1st and 3rd harmonic components
are highly suppressed and that the voltage modulation of the
output voltage at the 50O load is limited. The output voltage
modulation produced only by the CCO and the frequency doubler
is 71.5 dB within the 3–5 GHz band.

Post layout simulation results reveal that the maximum output
frequency lowers about 300 MHz. The 1st and 3rd harmonics are
highly suppressed at approximately the same level compared to
the schematic simulations. At 2.9 GHz the VOUT is 195 mV and at
5 GHz the VOUT is 140 mV. The voltage modulation at the output
increases slightly due to the bandwidth limitations of the output
buffer and the parasitics at the output of the frequency doubler.
However, the latter does not deteriorate the achieved wide tuning
range of the designed VCO and frequency doubler.

A performance comparison between the VCO presented in this
paper and some other published results for wideband VCOs are
given in Table 2. The figure-of-merit (FOM) factor in Eq. (20) is
used to compare the VCOs performance when phase noise and
power consumption are taken into account. However, a better
comparison among wideband VCOs, designed for UWBFM
applications, can be made when the ratio of tuning range over
power consumption is calculated. The latter can be derived by
Eq. (21). Although our VCO FOM is not of the highest ones, it
should be stressed that it exhibits comparable to the highest
ones reported, regarding the ratio of tuning range over
power consumption (TR/PDC equals 6.711 or 8.26 dB) set as the
main design objective of this work. This provides satisfactory
phase noise performance which meets the UWBFM transceiver
requirement.

FOM ¼ LðDoÞ dBc

Hz

� �
� 20 log

o0

Do

� �
þ 10 log

PDCðmwÞ

1 mw

� �
(20)

Ratio of TR over PDC ; ðin dBÞ ¼ 10 log
TR ðin%Þ

PDC ðmwÞ

� �
(21)

4. Conclusions

The design and implementation of a low power, CMOS CCO/
VCO was presented, working at frequencies between 1.5 and
2.8 GHz and a low-power frequency doubler was used to double
the VCO tuning range between 3 and 5.6 GHz. Concerning an UWB
VCO/CCO, the concept of using a frequency doubler extends the
tuning range whereas it limits the maximum current consump-
tion. Therefore, a wideband, low-power frequency doubler design
becomes an attractive solution since the total current consump-
tion of the system (VCO/CCO and frequency doubler) is expected
to be lower than in the case where the maximum tuning current
of the VCO/CCO is increased in order to achieve the desired
maximum frequency without the use of the doubler. The selected
topology of the frequency doubler was analyzed in weak inversion
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Table 2
Performance comparison of wideband voltage-controlled oscillators.

References Technology Inductorless Phase Noise L

(dBc/Hz) at

Df offset

Oscillation

frequency Fo

(MHz)

Df offset

(MHz)

Pdc (mW) Tuning range

TR (%)

FOM TR/Pdc (dB)

[7] 0.8mm CMOS Yes – 786.5 – 19.8 42 – 3.265

[11] 0.35 BiCMOS No �98.2 3600 0.6 42 44.4 �157.53 0.241

[12] 0.35 BiCMOS No �113 4300 0.6 36.5 46 �174.48 1.004

[22] 0.18mm

CMOS

Yes �66 745 2 5.4 28 �110.09 7.147

[23] 0.25mm

CMOS

No �98.5 1600 0.4 59 98 �152.83 2.203

[24] 0.18mm

CMOS

Yes �75 2750 1 10.5 163 �133.57 11.909

[25] 0.18mm

CMOS

Yes �70 3400 1 14 41.2 �129.16 4.687

[26] 0.18mm

CMOS

Yes �90 4050 1 18.4 66.7 �149.50 5.593

[27] 0.18mm

CMOS

Yes �90.1 3600 1 17 70.1 �148.92 6.152

This work 0.18mm

CMOS

Yes �80.56 4300 1 9 60.4 �143.12 8.267
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regime and formulas were derived to prove the related trade-offs
in this region which allow low-power and high-frequency
operation. Finally, a wideband output open-drain buffer was
employed to drive a 50O load.

The CCO maximum current consumption is 4 mA from a 1.8 V
power supply including both the output voltage control mechan-
ism and the frequency control circuitry. The frequency doubling
circuit draws only 1 mA and the output buffer draws 6 mA. The
proposed inductorless, low-power, wideband, CMOS VCO achieves
a phase noise of �80 dBc/Hz at 1 MHz frequency offset, a wide
tuning range of 60.4% and an output voltage modulation of
71.5 dB over the desired frequency range while it consumes
9 mW. This VCO performance fulfills the requirements of UWBFM
applications where the phase noise performance is not so critical
and thus it can be relaxed for achieving a higher ratio of tuning
range over power consumption.
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